A Second-Order Double-Sampled Delta-Sigma Modulator using Individual-Level Averaging †

Chuc K. Thanh, Stephen H. Lewis, Member, IEEE, and Paul J. Hurst, Senior Member, IEEE

Abstract A second-order double-sampled delta-sigma modulator is described. It uses an individual-level-averaging switching scheme to convert capacitor mismatch into high-pass noise. With a sampling rate of 25 MHz and an oversampling ratio of 128, the maximum measured signal-to-noise-and-distortion ratio is 82.2 dB, and the total harmonic distortion is -91.0 dB when the input is 2.5 dB below full scale. The modulator is fully differential, occupies 3.75 mm^2 in a 1.2-mm CMOS process, and dissipates 25.9 mW (10.2 mW analog and 15.7 mW digital).

hhhhhhhhhhhhhhhhhh

† This research was sponsored by UC MICRO Grant 95-092 and NSF Grant MIP-9210071. C. Thanh was with the University of California, Davis. She is now with Level One Communications, Sacramento, CA 95827. S. Lewis and P. Hurst are with the Solid-State Circuits Research Laboratory, Department of Electrical and Computer Engineering, University of California, Davis, CA 95616.

I. Introduction

Double sampling is a technique that increases the maximum sample rate of switched-capacitor circuits without requiring faster operational amplifiers (op amps) or new process technologies [1]. The increase in sampling rate is achieved by interleaving two sampling capacitors in time. When straightforward double sampling is applied to delta-sigma modulators (DSMs), however, a key limitation arises from mismatch in the sampling capacitors. The problem stems from the fact that the integrator(s) in switched-capacitor DSMs accumulate charge provided by the sampling capacitors. If the capacitance of each sampling capacitor is constant, the charge provided by each sampling capacitor is proportional to its capacitance. Therefore, mismatch in the time-interleaved sampling capacitors causes amplitude modulation of the charge provided by the sampling capacitors. This modulation degrades the baseband signalto-noise ratio (SNR) because some of the high-frequency noise in the feedback signal is mixed down to the baseband, where it adds to the noise floor.

Several solutions to this problem have been described but retain some sensitivity to capacitor mismatch [2,3] or require additional clock phases [4]. Another solution that achieves low sensitivity to capacitor mismatch with only two main clock phases uses additive-error switching [5,6] to convert the mismatch into an additive out-of-band tone. However, this approach requires three capacitors to be connected by switches to the summing node of each op amp during charge transfer. This connection reduces the feedback factor of each integrator and limits the increase in the sample rate to less than the ideal maximum of 100%.

To increase the feedback factor and therefore the sample rate, individual-level averaging (ILA) can be used. ILA is one of several dynamic-element-matching techniques [7-10] that have been shown to improve the linearity of DSMs with multibit feedback. The use of ILA in a double-sampled DSM increases the feedback factor around each integrator and simplifies the finite-state machine required for switch control compared to the additive-error algorithm. This paper describes a prototype second-order double-sampled DSM using ILA [11] and is organized as follows. Section II describes the application of

ILA to double-sampled DSMs. The prototype modulator is described in Section III. Section IV presents the experimental results. II. Double Sampling and Individual-Level Averaging

Fig. 1 shows a schematic of a double-sampled first-order DSM with individual-level averaging (ILA). It consists of a pair of switched sampling capacitors (C_{s1} and C_{s2} ), a fixed integrating capacitor (C_i), an op amp, a latched comparator, a finite-state machine (FSM), and a digital-to-analog converter (DAC). To double sample the input, C_{s1} and C_{s2} simply alternate. During f_1, C_{s1} samples the input and C_{s2} dumps charge onto C_i. During f_2, C_{s2} samples the input and C_{s1} dumps charge onto C_i. If C_{s1} „C_{s2} , the change in the sampling capacitance from one phase to the next modulates the input. If the input is a low-frequency signal, the mismatch mixes V_i to a frequency band near f_s /2. Because signals in this frequency band are greatly attenuated by the digital low-pass filter that operates on the output of the DSM, the effect of this mixing is of little consequence here. However, even for low-frequency inputs, the DAC output can have a large high-frequency content because the DSMoutput contains high-pass-filtered quantization noise. To avoid modulation of the DAC feedback signal, capacitors C_{s1} and C_{s2} do not process the reference signal.

Fig. 2 shows a schematic of the DAC. Capacitors C_1- C_4 are controlled by FSM outputs w- z and their nonoverlapping complements w h - z h to carry out the ILA algorithm. ILA is a dynamic element matching technique first proposed by Leung and Sutarja to overcome the effects of DAC nonlinearity in DSMs using multibit feedback [7]. Here, ILA converts capacitor mismatch in a one-bit double-sampled DAC into high-pass noise.

ILA cycles the DAC elements on a per-level basis. All elements used to represent an individual digital code are exercised sequentially. No more than one of the four main control signals (w- z) is high at any given time. This means that no more than one of the four capacitors is connected to the op-amp input at any given time. When the DSMoutput is high (d = 1), positive charge is delivered to the integrator by selecting either C_1 (w=1) or C_2 (x=1) and switching the left side of the selected capacitor from ground to V_r. Similarly, when d = 0, negative charge is delivered to the integrator by selecting either C_3 or C_4 and switching the left side of the selected capacitor from V_r to ground. If d is constant, one pair ({C_1, C_2}, or {C_3, C_4}) is used and the capacitor selected within that pair alternates. For example, if d = 1 and is constant, C_1 and C_2 alternate. Similarly, C_3 and C_4 alternate if d = 0 and is constant. On the other hand, when d alternates, both pairs are used alternately and the capacitor selected within each pair is the one not most recently selected.

Although C_1 = C_2 = C_3 = C_4 under ideal conditions, mismatches are unavoidable in practice. Define C_t = (C_1 + C_2)/2, DC_t = C_1 - C_2, C_b = (C_3 + C_4)/2, and DC_b = C_3 - C_4. Then C_1 = C_t + DC_t /2, (1) C_2 = C_t - DC_t /2, (2) C_3 = C_b + DC_b /2, and (3) C_4 = C_b - DC_b /2. (4) First, suppose C_t„C_b. Since C_1 and C_2 are used to deliver positive charge to the integrator, a change in their average value is equivalent to a change in the positive full-scale reference. Similarly, a change in the average of C_3 and C_4 is equivalent to a change in the negative full-scale reference. Therefore C_t„C_b causes gain and/or offset errors in the modulator. ILA does not correct these errors, but offset and gain errors are not key limitations in many applications. Second, suppose DC_t „ 0 and/or DC_b „ 0. These conditions generate an additive DAC error sequence that is determined by the DSM output sequence d(k), where k is a time index. The problem of finding the spectrum arising from such capacitor mismatch is similar to finding the spectrum of a line code known as Alternate Mark Inversion (AMI).

Fig. 3(a) shows an AMI coder. It consists of an exclusive-or gate, a delay cell, and a subtracter. AMI is a line code that converts a set of source bits b(k) (where k is a time index) into another set of transmitted symbols a (k). It is used in the phone companies’ T1-carrier system to produce a spectral null at d.c. and concentrate the transmitted power spectrum at frequencies where the connecting cable has low loss. Fig. 3(b) shows the corresponding truth table. Note that b(k)=0 at the input is always encoded to a (k)=0 at the output. On the other hand, b(k)=1 is encoded to either a (k)=–1, depending on the value of the previous output of the exclusive-or gate c(k- 1). If b(k) = 1 and is constant, a (k) alternates between –1. Analysis of the AMI coder is difficult due to the nonlinearity in the exclusive-or gate. Analysis is possible when the input sequence b(k) is independent, which is assumed below. To find the power spectrum of the output S_a(e^{jwT}) (where T is the bit period), let p represent the probability that b(k) = 1 and find the autocorrelation function of the output a (k) using a Markov model. The power spectral density is the z-transform of the autocorrelation function evaluated on the unit circle (where z = e^{jwT}). Fig. 3(c) shows the result [12]. The power is concentrated at half the clock rate, f_s /2. As p increases, the peak at f_s /2 increases because the fraction of outputs that alternate between –1 increases. The spectrum is null at d.c. because the back end of the AMI coder is a first-order difference (1 - z^{- 1}), which produces a zero at z = 1.

Fig. 4 shows two copies of the AMI coder. The input to the top coder is the DSM output d(k), and the input to the bottom coder is d h (k). The outputs of the two AMI coders, a_t(k) and a_b(k), are scaled and summed to produce y(k), which represents the charge error contributed by DC_t „ 0 and DC_b „ 0. Since the inputs of the two coders are complementary, either a_t(k) = 0 or a_b(k) = 0 for each k. Therefore, only one coder at a time contributes to y(k). When d = 1 and is constant, a_t alternates between –1. After scaling a_t, y corresponds to the error that arises from mismatch when C_1 or C_2 is selected to deliver the feedback in the DSM. On the other hand, when d = 0 and is constant, a_b alternates between –1. After scaling a_b, y corresponds to the error that arises from mismatch when C_3 or C_4 is selected. Analysis of a fourstate Markov model shows that the states of the two coders are uncorrelated even though the inputs are correlated [13]. The resulting power spectral density S_y(e^{jwT}) is:

S_y(e^{jwT}) = 1+(1- 2p)^2- 2(1- 2p)coswT

2p(1- p)(1- coswT)d_t^2 hhhhhhhhhhhhhhhhhhhhhh + 1+(1- 2p)^2+2(1- 2p)coswT

2p(1- p)(1- coswT)d_b^2 hhhhhhhhhhhhhhhhhhhhhh, (5)

where d_t = V_rDC_t /2 and d_b = V_rDC_b /2 [13]. The 1- coswT terms in Equation (5) cause the power spectrum to have a high-pass characteristic. This characteristic stems from the 1 - z^{- 1} operations in each coder, which can be pushed to the output of the Fig. 4 because the back end of each AMI coder is linear. The analysis when the input sequence is independent is useful in giving some insight into the ILA algorithm. Simulations show that the DAC error has a high-pass frequency response even when the input sequence to the coder is correlated and equals the DSM output.

The ILA switching scheme was explained above using a first-order DSMfor simplicity, but it can be applied to higher-order loops. Fig. 5 shows a block diagram of the second-order prototype. It consists of two double-sampled integrators contained in dashed boxes, a latched comparator, and a finite-state machine (FSM). The two integrators are identical, and each is built with three pairs of capacitors to implement ILA as shown in Figures 1 and 2. The capacitor values are given in Table 1. In both integrators, C_1- C_4 are controlled by the FSM and the C_s capacitors simply alternate. The use of identical integrators simplified the design and layout of the DSM. The mismatch of the C_s capacitors in the second integrator mixes high frequencies at the output of the first integrator to the baseband. However, little high-frequency energy exists there due to the low-pass action of the first integrator, and any signals mixed to the baseband after the first integrator are reduced by the gain of the first integrator when referred to the input of the DSM. Therefore mismatch of these capacitors is not a limitation.

On each clock phase, one capacitor from {C_{s1} - C_{s2} } and one from {C_1- C_4} is switched to the input of each op amp. An advantage of this approach is that it makes the performance of the prototype insensitive to offset and finite open-loop gain errors in the op amps [6]. Another advantage of this approach is that it requires only two capacitors to be switched to each op-amp input at a time. In contrast, three capacitors are switched to each op-amp input during charge transfer using the additive-error algorithm to give it similar sensitivity properties [6]. A simplified analysis of the resulting feedback factor around each op amp shows that the speed of the DSMwith ILA is 13% faster than with additive-error switching [13].

III. Prototype

To increase the noise immunity, dynamic range and power supply rejection, and to reduce the even-order harmonic distortion, the entire prototype is fully differential. Two identical op amps are used. To provide both high gain and fast settling, both op amps have a telescopic cascode structure [14]. Common-mode feedback is provided through two time-interleaved switched-capacitor sense circuits [15]. To limit the baseband error penalty caused by finite op-amp gain to about 1 dB, the open-loop gain of the op amp should be more than the oversampling ratio, which is 128. According to simulation, the op-amp gain is about 600 and the settling time to 0.05% accuracy is less than 15 ns.

Although comparator offset has little effect on modulator performance, the comparator must be fast here because it makes a decision each sample period. Therefore, a simple latch-based comparator was used [16].

Fig. 6 shows a gate-level diagram of the FSM. It is included on the prototype along with circuits that make the control signals and their complements nonoverlapping. All capacitors are switched using bottom-plate sampling techniques [17]. IV. Experimental Results

The DSM was tested by applying a low-distortion sine wave, capturing the 1-bit digital output and post-processing the output on a workstation. Fig. 7 shows the spectrum of the modulator output for a 760-Hz input that is 2.5 dB below full scale and sampled at 25 MHz. Fig. 8 shows a plot of SNDR versus input level for the prototype. The oversampling ratio was 128, the sampling rate was 25 MHz, and the input frequency was 760 Hz. For simplicity, a sinc^3 decimation filter was implemented in software to filter the output of the prototype, and the SNDR was found using the sinusoidal-minimum-error approach [18]. The peak SNDR is 82.2 dB, which is 6.7 dB less than predicted by circuit-noise calculations and simulations. The reason for this difference is unknown but could be caused by measurement limitations and/or a slew-rate limitation in the op amp for example.

Table 2 shows that the performance of the ILA and the additive-error (AE) prototypes [6] is similar except that the ILA prototype in a 1.2-mm technology is five times faster than the AE prototype in a 2-mm technology. According to simulation, the op amps were about three times faster in the 1.2-mm process than in the 2-mm process. Although the oversampling ratio (OSR) is 256 for most of the data shown in [6], Table 2 uses an OSR=128 for both modulators.

Fig. 9 shows plots of the peak SNDR versus oversampling ratio (OSR) for both modulators. When the OSR < 64, the peak SNDR rises at 15 dB per octave in both plots, which means that quantization noise is dominant. When the OSR > 64, however, the slopes of both plots are reduced, which shows that quantization noise is no longer dominant.

The SNDR of a double-sampled DSM using ILA is insensitive to mismatch that causes DC_t „ 0 and/or DC_b „ 0. One way to demonstrate this property is to build a programmable capacitor mismatch directly into the prototype. A simpler approach, however, is to use identically drawn capacitors and to connect them to different reference voltage inputs. For the test results presented above, the reference voltage inputs are connected together. To induce mismatch, these reference inputs are connected separately to reference voltages with different values. This connection induces a charge mismatch that is equivalent to that obtained with one reference and mismatched capacitors.

Fig. 10 shows a plot of peak SNDR versus mismatch in the reference voltages connected to C_1 and C_2. For mismatches less than 10%, the variation in the peak SNDR is less than about 3 dB. For mismatches greater than 10%, the SNDR in Fig. 10 decreases rapidly because the noise generated from mismatch becomes the dominant noise source. In contrast, the additive-error prototype exhibits only about 3-dB drop in peak SNDR for mismatches up to 100% [6]. The greater insensitivity to mismatch there results from the conversion of mismatch into an additive out-of-band tone, which is almost completely removed by a digital filter. (The mismatch here is converted into high-pass noise, and some of this noise falls into the baseband.) For the capacitor mismatch expected in practice (less than 1%), however, the performance of the two prototypes is similar.

Fig. 11 shows a photograph of the modulator. The chip is 1.9 mm by 1.9 mm (including the pads)

and was made in a 1.2-mm, n-well, double-polysilicon CMOS process.

Acknowledgment

We are grateful to Rui Song for helping to test the prototype and to Kenneth Dyer for helpful discussions.

References

[1] T. C. Choi and R. W. Brodersen, ‘‘Considerations for High-Frequency Switched-Capacitor Filters,’’ IEEE Transactions on Circuits and Systems, vol. CAS-27, no. 6, pp. 545-551, June 1980.

[2] P. J. Hurst and W. J. McIntyre, ‘‘Double Sampling in Switched-Capacitor Delta-Sigma A/D Converters,’’ International Symposiumon Circuits and Systems, pp. 902-905, May 1990.

[3] H.-K. Yang and E. I. El-Masry, ‘‘Double Sampling Delta-Sigma Modulators,’’ IEEE Transactions on Circuits and SystemsII, vol. 43, no. 7, pp. 524-529, July 1996.

[4] D. B. Ribner, Double Rate Oversampled Interpolative Modulators for A/DConversion, U.S. Patent No. 5,030,954, July 9, 1991.

[5] P. J. Hurst and K. C. Dyer, ‘‘An Improved Double-Sampling Scheme for Switched-Capacitor Delta-Sigma Modulators,’’ International Symposium on Circuits and Systems, vol. 3, pp. 1179- 1182, May 1992.

[6] T. V. Burmas, K. C. Dyer, P. J. Hurst, and S. H. Lewis, ‘‘A Second-Order Double-Sampled Delta- Sigma Modulator Using Additive-Error Switching,’’ IEEE Journal of Solid-State Circuits, vol. 31, no. 3, pp. 284-293, Mar. 1996.

[7] B. H. Leung and S. Sutarja, ‘‘Multibit Sigma-Delta A/D Converter Incorporating a Novel Class of Dynamic Element Matching Techniques,’’ IEEE Transactions on Circuits and SystemsII, vol. 39, no. 1, pp. 35-51, Jan. 1992.

[8] F. Chen and B. H. Leung, ‘‘A High Resolution Multibit Sigma-Delta Modulator with Individual Level Averaging,’’ IEEE Journal of Solid-State Circuits, vol. 30, no. 4, pp. 453-460, Apr. 1995.

[9] L. R. Carley, ‘‘A Noise-Shaping Coder Topology for 15+ Bit Converters,’’ IEEE Journal of Solid- State Circuits, vol. 24, no. 2, pp. 267-273, April 1989.

[10] R. T. Baird and T. S. Fiez, ‘‘Linearity Enhancement of Multibit Delta Sigma A/D and D/A Converters Using Data Weighted Averaging,’’ IEEE Transactions on Circuits and SystemsII, vol. 42, no. 12, pp. 753-762, Dec. 1995.

[11] C. Thanh, S. H. Lewis, and P. J. Hurst, ‘‘A 2nd-Order Double-Sampled DS Modulator with Individual-Level Averaging,’’ Symposiumon VLSICircuits, pp. 100-101, June 1996.

[12] E. A. Lee and D. G. Messerschmitt, Digital Communication, p. 564-568, Kluwer Academic Publishers, 1994. Second Edition.

[13] C. K. Thanh, A Fully Differential Delta-Sigma Modulator using the Individual-Level-Averaging Algorithm, University of California, Davis, 1996. UCD/SSCRL Memo 96-3.

[14] G. Nicollini, P. Confalonieri, and D. Senderowicz, ‘‘A Fully Differential Sample-and-Hold Circuit for High-Speed Applications,’’ IEEE Journal of Solid-State Circuits, vol. 24, no. 5, pp. 1461-1465, Oct. 1989.

[15] D. Senderowicz, S. F. Dreyer, J. H. Huggins, C. F. Rahim, and C. A. Laber, ‘‘A Family of Differential NMOS Analog Circuits for a PCM Codec Filter Chip,’’ IEEE J. Solid State Circuits, vol. SC- 17, no. 6, pp. 1014-1023, Dec. 1982.

[16] A. Yukawa, ‘‘A CMOS 8-Bit High-Speen A/D Converter IC,’’ IEEE Journal of Solid-State Circuits, vol. SC-20, no. 3, pp. 775-779, June 1985. (Latch stage of Figure 1).

[17] P. W. Li, M. J. Chin, P. R. Gray, and R. Castello, ‘‘A Ratio-Independent Algorithmic Analog-to- Digital Conversion Technique,’’ IEEE Journal of Solid-State Circuits, vol. SC-19, no. 6, pp. 828- 836, Dec. 1984.

[18] B. E. Boser, K.-P. Karmann, H. Martin, and B. A. Wooley, ‘‘Simulating and Testing Oversampled Analog-to-Digital Converters,’’ IEEE Trans. on Computer-AidedDesign of Integrated Circuits and Systems, vol. 7, no. 6, pp. 668-674, June 1988.

TABLE AND FIGURE CAPTIONS

Table 1 - Element and signal values for Fig. 5. Table 2 - Typical Performance (5 V and 25�C)

Fig. 1 - A first-order double-sampled DSMusing individual-level averaging. Fig. 2 - The individual-level averaging DAC. Fig. 3 - Alternate mark inversion a) coder, b) truth table, c) power spectral density Fig. 4 - Alternate mark inversion model of individual-level-averaging error. Fig. 5 - A second-order double sampled DSMusing individual-level averaging. Fig. 6 - Finite state machine. Fig. 7 - Measured output spectrum: (a) from zero to f_s /2 and (b) from zero to f_s /20 Fig. 8 - SNDR vs. input amplitude. Fig. 9 - Peak SNDR vs. oversampling ratio Fig. 10 - SNDR vs. reference voltage mismatch. Fig. 11 - Die photograph.

TABLE 1 Element and signal values for Fig. 5.

iiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiii C_{s1} = C_{s2} 0.5 pF C_1 = C_2 0.25 pF C_3 = C_4 0.25 pF C_i 1 pF NMOS Switches W/L= 12 mm/1.2 mm PMOS Switches W/L= 12 mm/1.2 mm Amplitude of Clocks 5 V V_r 2 V iiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiii

TABLE 2 Typical Performance (5 V and 25�C) iiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiii ILA AE Technology (CMOS) 1.2-mm 2-mm Area (mm^2) 3.75 5 Power Dissipation (mW) 25.9 13 Sampling Rate (Msamp/s) 25 5 Oversampling Ratio 128 128 Full Scale (V) 4 4 Dynamic Range (dB) 82.4 82.3 Maximum SNDR (dB) 82.2 84.0 THD (dB) -91.0 -88.8 PSRR (dB) 59 53 CMRR (dB) 68 63 iiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiiii

V_i f_1 f_2

C_{s1}

f_2 f_1

f_2 f_1

C_{s2}

f_1 f_2

DAC V_r

w x y z

C_i

- +

Q d D

FSM w x y z CLK

Fig. 1: A first-order double-sampled DSMusing individual-level averaging.

V_r w wh

C_1 w w h x xh

C_2 x x h y h y C_3 y y h z h z C_4 z z h

To op- amp input

Fig. 2: The individual-level averaging DAC.

b(k)

z^{- 1} c(k) + a (k)

c(k- 1) - S

(a) iiiiiiiiiiiiiiiiiiiiii b(k) c(k- 1) c(k) a (k) iiiiiiiiiiiiiiiiiiiiii 0 0 0 0 0 1 1 0 1 0 1 1 1 1 0 - 1 iiiiiiiiiiiiiiiiiiiiii c c c c c c

c c c c c c

c c c c c c

c c c c c c

(b)

frequency 0 1 2 3

0 f_s /2 f_s p = 0.25 p = 0.5 p = 0.75

S_a(e^{jwT})

(c) Fig. 3: Alternate mark inversion a) coder, b) truth table, c) power spectral density

d(k)

z^{- 1} + - S^{at(k) V}r^{DC}t + S^{y(k)} d h (k) z^{- 1} + - S^{ab(k) - V}r^{DC}b +

Fig. 4: Alternate mark inversion model of individual-level-averaging error.

+ V_i S + S Q dD

CLK FSM

1- bit DAC - 1- bit DAC -

w- z

Fig. 5: A second-order double sampled DSMusing individual-level averaging.

D Q w d d Q hh x d CLK

D Q z d h d Q hh y d h CLK

Fig. 6: Finite state machine.

Freq (MHz) (a)

- 160

- 140

- 120

- 100

- 80

- 60

- 40

- 20 0

0 2.5 5 7.5 10 12.5 f_i = 760 Hz f_s = 25 MHz

Freq (MHz) (b)

- 160

- 140

- 120

- 100

- 80

- 60

- 40

- 20 0

0 0.25 0.5 0.75 1 1.25 f_i = 760 Hz f_s = 25 MHz

|V_o| (dB)

|V_o| (dB)

Fig. 7: Measured output spectrum: (a) from zero to f_s /2 and (b) from zero to f_s /20

SNDR (dB)

Input (dB) 0 20 40 60 80 100

- 100 - 80 - 60 - 40 - 20 0

AE f_s = 5 MHz (Peak = 84.0 dB) ILA f_s = 25 MHz (Peak = 82.2 dB)

Fig. 8: SNDR vs. input amplitude.

Peak SNDR (dB)

OSR 60 70 80 90 100

32 64 128 256 512

AE f_s = 5 MHz ILA f_s = 25 MHz

Fig. 9: Peak SNDR vs. oversampling ratio

Peak SNDR (dB)

Mismatch(%)

0.01 0.1 1 10 100 68 70 72 74 76 78 80 82 84 86 AE (f_s = 5 MHz) ILA(f_s = 25 MHz)

Fig. 10: SNDR vs. reference voltage mismatch.

Burmas, Dyer, Hurst, and Lewis 22

Fig. 11: Die photograph.